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A Broad-Band Amplifier Output Network Design
ALFY N. RIDDLE AND R. J. TREW, MEMBER, IEEE

_Abstract —An analytic design method for a lossy gain-compensating
network is presented and the advantages of lossy networks are discussed.
Examples of two-stage amplifiers using FET’s and bipolar transistors are
presented to show the feasibility of this particular network in low power
amplifier designs. These amplifiers obtain gains of 15.4+0.5 dB with a
2.5-dB maximum noise figure in the 4.0-6.0-GHz frequency range and
16.5=1.2 dB with a maximum input YSWR of 1.78:1 over the 1.0-2.0-GHz
frequency range, respectively.

I. INTRODUCTION

Lossy gain-compensating output networks can provide lower
input reflection coefficients, a lower amplifier noise figure, and a
more predictable amplifier design [1]. The resistive nature of this
type of network may also improve amplifier stability and distor-

Manuscript received July 17, 1981; revised September 9, 1981.
The authors are with the Department of Electrical Engineering, North
Carolina State University, Raleigh, NC 27650.

tion by reducing standing waves within the amplifier. Although
lossy broad-band gain-compensating networks are often used
[1]-[4], explicit, analytic design techniques for these networks
have not been reported.

This paper presents an output circuit design based upon a 7
matching network combined with a bandpass /bandstop diplexer.
As a result, this network contains both the drain supply induc-
tance and the dc blocking capacitor, which are needed in any
output network, as integral elements. Explicit formulas for the
element values of this network are derived and presented shortly.
This method is different from previous methods [1] because this
technique allows the device load to approach 50 @ as frequency is
decreased. However, this network is similar to that used in [2]
and [3] in that the supply voltage is inserted through a quarter-
wavelength shunt stub and a series resistor. This method results
in greater stability and tunability for the amplifier.

A bandpass/bandstop diplexer is more useful than a simple
low-pass /high-pass diplexer because it provides an exact match
at one frequency, and an arbitrary amount of attenuation (limited
only by network element Q’s) at any frequency. Diplexing net-
works may be used in either input or output networks depending
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on noise figure, power output, stability, and other amplifier
constraints. This paper considers the characteristics of a resonant
diplexer in the output network.

II. NETWORK DESIGN

The output network is designed in two parts. First, a 7 network
matches the transistor output impedance to 50 © at the highest
frequency of interest f;. The insertion loss of this network /L, at
the lowest frequency of interest f;, is calculated and subtracted
from the total loss desired for gain compensation /L to give the
loss required of the diplexer IL,. This may be expressed as

IL(f) =1L, (f) + IL,(f)= MAG( f,)— MAG(fy) (1)

where IL7(fy)=0=IL,(f)=IL,(fy), and MAG(f) is the
maximum available gain of the device and input network at the
specified frequency. In this paper, insertion loss is in decibels,
and is with respect to the maximum power available from a 50-Q
source. This simple two-point method of compensation works
well for the gradual gain versus frequency slopes of single-stage
amplifiers. The diplexer center frequency is f, and the diplexer
bandwidth is determined by the required loss IL,, at ;.

A standard parallel RC network equivalent circuit is derived
for the transistor output impedance. This circuit may be derived
in a conventional manner from S,,(f;) in the unilateral case,
from the conjugate of the output match reflection coefficient for.
minimum noise at fy, or from the conjugate of the complete
match reflection coefficient at fy. In the # matching network
shown in Fig. 1, R, and C, are derived from the transistor output
admittance. It is worth noting that L, consists, at least in part, of
the bonding wire to the transistor chip from the microstrip
circuit. The equations for this matching network are derived by
separating the network at node 4 in Fig. 1 and writing expres-
sions for the impedances looking towards R, and R ;. Real and
imaginary (one direction being conjugated) parts are equated to
obtain a match. Thus, we have

0o=wyRC, (2)

()

R,, 1/2
O =wyR G= R_O(QO‘H)_1

_ 9
G= onR, (3a)
2 2
L.= ROCI + RLC3 (4)
P+l 1+
+0Qs 01

where wy =27fy.

The insertion loss for this network may be derived by describ-
ing the network as an ABCD matrix seen from R,. The matrix
elements may be converted to S-parameters via the relation [5]

S$u(jw)= ; ; 2VRoR, . ;
A(jw)Ro+D(jw)R+ B(jo)+C(jw)RoR,

(%)
and expressed as an insertion loss in decibels by
IL,(jw)=10log| Sy (jw)|?

4R,R;
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Fig. 1 7 matching network. Ry and C| are the transistor output equivalent
circuit,
Ls Cs
Le
| Ce Ro
Fig. 2. Resonant diplexer network for lossy gain compensation,
Fig 3 Dustributed form of output network for lossy gain compensation

where X, = wyL,. Since the diplexer presents a constant 50 & to
this network, this insertion loss is affected mainly by changes in
the elements of the transistor output equivalent circuit. The FET
design shown later suffered very little from an 85-percent change
in its output conductance across the operating frequency range.
In these situations an average output conductance weighted to-
ward the top of the frequency range may be useful. The mismatch
of the 7 network at f; has not been found to disturb the diplexer’s
characteristics. The desired diplexer loss IL,, at f, determines the
diplexer bandwidth by the relation

N
fufi (1075710 — 1)1/

which comes from the expression

()

1
fi— 12

E%E( fult )]2

where IL, is a positive number and the bandwidth BW is
normalized. This equation is a rearranged form of the insertion
loss for a simple resonant network. The equations presented
below for the diplexer in Fig. 2 may be found in any network
synthesis text [6]

IL,=10log

(7a)

1+

=10log

2
-+

w \2
[R0+RL_(;;) XZ(QO+QL)

(6)

5 2
Z)w_ {Xz + RLQO + ROQL - ( _wﬁ_) XZQOQL}jI
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Fig. 4 MRF901 amplifier design for 1.0- to 2.0-GHz frequency range, All’
line lengths are a fraction of a wavelength to 2.0 GHz. Optimized values aré

in parenthesis.
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Co= B w (8a) output of the amplifier is taken from the diplexer’s series LC
5 50wy, . circuit. Fig. 3 shows the entire output network in distributed
1 ) form; with Z, =4wHLp/7r,ZSZwHLS/t.an.(Zwl_S/A), and ¥, =
Ly=——=(50)°C, (8b) wyC;/tan(2@ly /), where / is the transmission-line length. These
wiC, N . .
"Hs lumped to distributed network equivalences are derived by equat-
BW(50) . ing reactance slopes of the elements at the desired center frequency
LpZ————( ) =(50)"Cs (8c) 73
(5523 "
1 .
G, = . (8d) | . III. EXAMPLES ’
‘*’HLP Amplifier designs using a Motorola MRF901 and a Hewlett-

In the final network, the»diplexér replaces R; of Fig. 1 and the

Packard HFET-1101 are shown in Figs. 4-7. These designs were ’
analyzed and optimized with COMPACT. Figs. 4 and 6 show the
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Fig. 6. HFET-1101 amplifier designed for minimum noise figure in the 4.0-
to 6.0-GHz frequency range. All lines are given in a fraction of a wavelength
at 6.0 GHz. Optimized values are in parenthesis.
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Fig. 7. HFET-1101 40—6 0-GHz low-noise amplifier characteristics. (a)
Sx(db). () [S11]- () | S .

actual designs with optimized element values in parenthesis. Figs.
5 and 7 show the characteristics of a two-stage cascade of each
amplifier before and after optimization, with the solid lines
representing optimization, '

The MRF901 amplifier was designed for minimum input re-
flection coefficient and maximum flat gain over the 1.0 to 2.0-GHz
frequency range. The equivalent circuit for this device was based
on a complete conjugate match at 1.0 and 2.0. GHz. Because this
transistor’s input circuit appeared as a dominantly inductive
seriés-resonant circuit, an iterative Smith Chart procedure was

‘used to design the input network. The output network was
designed according to the equations of the previous section. Since

the MAG of the MRF901 was 8.0 dB at 2.0 GHz and 13.8 dB at
1.0 GHz, 5.8 dB of insertion loss was required of the output
network at 1.0 GHz. This insertion loss was composed of 1.05 dB
of « network loss and 4.75 dB of diplexer loss. The diplexer loss
of 4,75 dB determined a bandwidth of 1.065. Figs. 4 and 5
indicate that this design was easily cascaded and required no
optimization. Lossless gain-compensating output networks were
tried with this combination of device and input network with less
predictable results. Figs. 5(a), (b), and (c) show maximums of
+1.4 dB of gain variation around 16.8-dB gam 1.78:1 mput
VSWR, and 6.2:1 output VSWR.

The HFET-1101 amplifier was des1gned for minimum noise
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figure in the 4.0 to 6.0-GHz frequency range with a maximum flat
gain. The analytic approach used in [2] was the basis of the input
network design. This input network was designed to match the
conjugate of the optimum source impedance for low noise at 5.0
GHz. Interpolation was used to derive this impedance from the
published data at 4.0 and 6.0 GHz. The network element values
were derived from an n =3, 0.01-dB ripple, Chebyshev low-pass
prototype [8]. The first impedance inverter (K;,) was omitted
from the final design because its 50.75 £ impedance contributed
little to the overall match.

The transistor output equivalent circuit was derived from the
conjugate of the reflection coefficient for a matched output with
minimum noise. The unilateral gain approximation as described
in [9] was used to find the maximum amplifier gain at 4.0 and 6.0
GHz. The source reflection coefficient derived from the conjugate
of the transistor input equivalent circuit at 4.0 and 6.0 GHz was
used in this unilateral gain approximation. This required 3.55 dB
of loss at 4.0 GHz. A maximum gain of 8.45 dB at 6.0 GHz was
expected for the amplifier. The diplexer network needed to
provide 2.85 dB of the 3.55-dB loss, and so a normalized band-
width of 0.864 was used. Although the cascade of two identical
single-stage amplifiers provided acceptable results without adjust-
ment of any of the circuit elements, optimization improved the
gain flatness and output reflection coefficient. The noise figures
of 2.1 dB and 4.0 GHz and 2.35 dB at 6.0 GHz were changed to
1.9 dB at 4.0 GHz and 2.48 dB at 6.0 GHz during optimization.
The relatively high VSWR of this amplifier’s input, as shown in
Fig. 7(b), is due to providing an optimum source impedance for
noise minimization.

The formulas presented in this paper are useful whenever the
equivalent circuit of the device is a parallel RC network. There-
fore, bipolar transistor amplifiers operating well below the device’s
fr may contain the circuit just presented as an input matching
network.

IV. CONCLUSION

A simple output network was shown to simultaneously provide
gain-compensation and a predictable amplifier design. The feasi-
bility of this design method was demonstrated by cascading two
identical single-stage amplifiers and calculating the total ampli-
fier S-parameters before and after optimization. Although the
input and output networks were designed by treating the ampli-
fier as if these networks did not interact, the actual results agreed
well with simple theory. Explicit formulas for the design of
lumped and distributed output networks were presented.
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Application of the Galerkin Method for
Determination of Quasi TE,,, Mode Frequencies of a
Rectangular Cavity Containing a Dielectric Sample

ANDRZEJ KEDZIOR aND JERZY KRUPKA

Abstract —A new method determination of quasi TE,,, mode frequen-
cies of a rectangular cavity containing a dielectric sample is presented. A
centrally loaded dielectric sample fills completely only one dimension of a
cross section of the cavity. The calculations are based on the Galerkin
method using a new suitable set of basis functions. The theoretical results
are illustrated by experiments. The obtained results of calculations and
experiments demonstrate the advantages of the new basis as compared with
the classical one. The presented method may be applied for the analysis of
two-dimensional boundary problems for various resonant cavities with
inhomogeneous filling.

I. INTRODUCTION

It is often necessary to determine the permittivity of rectangu-
lar samples of precisely defined dimensions at microwave fre-
quencies. The parameters of such samples are determined most
frequently by resonance method. The form of the sample de-
termines the rectangular form of the cavity [2],[4],[5]. An accu-
rate determination of the permittivity of precisely defined dimen-
sion samples is often difficult, especially at the low microwave
frequencies. At these frequencies cavity dimensions are usually
larger than respective sample dimensions. This leads to the
necessity of using approximate methods for determining the
resonant frequency of the cavity in relation to the permittivity.
Since it is easier to determine the resonant frequency of the cavity
at a fixed permittivity, the paper presents the solution of such
problems.

II. THEORY

In this section is presented a method of determining the
angular frequencies of quasi TE,,, modes (i, k = odd numbers)
of rectangular cavity with infinity conducting walls, filled with a
dielectric in the way shown in Fig 1(a). This problem is reduced
to determination of the eigenvalues of the boundary problem

Lo= joMs

nXE=90, onS

(1
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